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Abstract

This thesis presents the design of an ultra low-power Low-Dropout Regulator including
a reference system in 22nm FDSOI-technology. The whole design incorporates a BJT-
based reference voltage generation within the LDO regulation loop, thereby reducing
quiescent current consumption to only 470 nA and providing a remarkably high DC-
Power Supply rejection of 83 dB. This performance has been achieved with a single
stage error amplifier topology and an NMOS pass transistor. The LDO delivers an out-
put voltage of 800 mV and has been designed for an ultra-low power Analog-Frontend
drawing less than 2 uA of current. The comparatively low current-drive requirement,
combined with a minimum supply voltage of Vpp = 1.2V, motivated the use of an
NMOS pass transistor, which generally offers higher power-supply rejection. Further
design considerations for the reference system and the LDO are presented, followed by
a rigorous verification of the design and initial post-layout results.
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Chapter 1

Introduction

Artificial Intelligence (Al) is arguably the most influential innovation of recent decades,
driving an ongoing transformation of our lives. While the conventional approach is
to deploy large AI models in cloud-based environments, there is growing interest in
executing Machine Learning (ML) algorithms on custom devices [1]. Such edge Al
concepts pave the way for a variety of smart sensor solutions. With the data being
processed closer to where it is obtained latency is reduced and privacy is enhanced
[2]. However, most edge AI devices are battery powered making low-power opera-
tion inevitable. Since computation and storage demands are directly tied to energy
consumption, new computing schemes must be explored to make Al feasible at the
edge.

Neuromorphic computing is therefore one of the most promising research fields
that aims to provide biologically inspired computation approaches. This includes the
development of hardware implementations that mimic the human brain in the form of
Spiking Neural Networks (SNNs). As such SNNs process information in an event-based
and highly parallel manner, power consumption can be reduced down to the nanowatt
regime [3]. To fully exploit the energy efficiency of SNNs at the system level, the
remaining circuit blocks must likewise be designed for ultra-low power operation.
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vyDV DD
AV DD Trefs Viey Spiking Neural Network
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Analog Frontend
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Input

Figure 1.1: Typical block diagram for an edge Al application: Fully integrated analog
voltage supply as well as a current and voltage reference are the scope of the thesis
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A complete edge Al system is illustrated in Figure 1.1: Alongside the SNN it
comprises a sensor followed by an Analog Frontend (AFE) which aims to convert
the sensor input signal into a spiking representation as an input for the SNN. The
complete system within this research project aims at performing keyword spotting,
i.e. recognizing several predefined words: For this purpose spoken words are recorded
by a microphone, processed by the AFE and classified by a SNN. To fully integrate
and operate all circuit blocks in a System-on-Chip (SOC), voltage supplies for both
the analog and digital cores, along with on-chip voltage and current references must
be provided as well.

Therefore, the scope of this Master Thesis is to design and implement an ultra-low
power Low-Dropout Regulator (LDO) and a reference system for such an always-
on audio intelligence application. Hence, the LDO needs to provide sufficient power
supply rejection in the audio frequency band while keeping its quiescent current as
low as possible as part of an ultra-low power SOC. Ultra-low power denotes power
consumption in the sub pW-range and the LDO output serves as a dedicated analog
supply for the AFE. Additionally, a current reference and voltage references for the
AFE are provided as well.

After establishing a theoretical baseline in chapter 2 and based on a comparison of
different state-of-the art topologies in chapter 3, chapters 4 and 5 portray the circuit
design process as the main part of the thesis from initial modelling to a transistor
level implementation. In particular, by looking deeper into the AFE and the concrete
system level-context, justified specifications for the LDO and reference system are
derived. Based on them and the theoretical foundations of the previous chapters the
final circuit is discussed and evaluated. Thereafter, critical layout considerations are
discussed and first post-layout simulation results are obtained. Last but not least,
chapter 6 provides a summary as well as a future outlook.



Chapter 2

Fundamentals and Theoretical
Background

The aim of this chapter is to outline and discuss potential design choices regarding
the three desired circuit functionalities: Besides the LDO as a supply voltage source
this entails a voltage and current reference for an AFE as well. Moreover, for all of
these circuit blocks performance metrics and Figure-of-Merits (FoMs) are defined that
are used to compare the state-of-the art circuits in chapter 3 and with the proposed
circuit in chapters 5.

2.1 Low-Dropout Voltage Regulator

From a power management point of view, an LDO is a DC-DC converter that converts
an unregulated and potentially noisy input voltage V;,, = Vpp into a lower, regulated
and less noisy output voltage V., as illustrated in Figure 2.1 [4].

Vbp

ﬁ\ VDD

Vie Viepo—+ Pass

B Element t
t ‘/out
* /\/\/\/—"—O out
Ry
Ry Z

Figure 2.1: Simplified LDO block diagram with voltage signals illustrating its operating
principle

In principle, this is achieved by a control loop that dynamically adjusts the pass
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transistor’s effective DC-resistance in response to the load current drawn by Zp to
Rpi+Ryo

ef Rps

voltage stable over temperature. The voltage difference between the input voltage and

maintain a constant output voltage of V,,; = V., with V.. being a reference
the output voltage of the LDO is referred to as the dropout voltage Vpo = Vi, — Vous-
To obtain minimum dropout voltages of 300mV and less, NMOS or PMOS Field-
Effect-Transistors (FETs) instead of Bipolar Junction Transistors (BJTs) are being
used for the pass element of LDOs [5].

Assuming direct feedback from the output node to the input of the error amplifier,
this leaves two basic topologies for the LDO: in Figure 2.2a a NMOS pass transistor in
source follower configuration and in Figure 2.2b a PMOS pass transistor in common
source configuration.

VDD VDD

‘/:refO—”‘ ‘/’r‘efO—_

O O

out out

Z Z

(a) Nmos pass transistor (b) Pmos pass transistor

Figure 2.2: LDO topologies based on the pass transistor selection

Choosing an NMOS pass transistor provides a lower open-loop output impedance in
the source-follower configuration resulting in a higher frequency pole which simplifies
compensation. Thus, for the same phase margin a higher loop gain bandwidth is
achievable which provides better transient behaviour.

Moreover, an LDO with NMOS pass transistor benefits from the higher mobility of
electrons relative to holes. Consequently, for the same drive current, an NMOS pass
transistor can be sized smaller, reducing gate capacitance and enabling faster transient
response than a PMOS pass device.

However, an LDO utilizing a PMOS pass transistor offers more headroom for the
error amplifier to control the gate of the pass device, as the pass transistor is being
driven by a negative voltage from its source at the supply node. Consequently, for
a low dropout voltage, a PMOS pass transistor can generate a higher gate-to-source
voltage which increases the achievable output current compared with an NMOS pass
transistor in low-dropout operating region.
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2.1.1 Key Performance Metrics of LDOs

Beyond these design considerations, LDO performance is commonly assessed and com-
pared using the following metrics [6]:

6Vout
oIy,

voltage V,,; changes with a change in output (load) current I,. Therefore, it is

1. Load Regulation: This metric is defined as and describes how much the output

equivalent to the DC value of the output impedance R,,; = AA”—Z%’;“ of the overall
LDO which can be determined by dividing the open-loop output impedance by one
plus the loop gain Apqg [6].

The output impedance of a common drain NMOS pass transistor in Figure 2.2a is gL

m

with g,, being the transistor’s transconductance AAngS and Ayq for this configuration

is constituted only by the error amplifier gain A resulting in an output impedance
of

1
Avg, o 1
Vout _gm (2.1)
Aig ) pos 1+HA  gnA
With an output impedance of the common source stage of Z;, this results in an

open-loop gain of A - g,, - Z;. This yields the same effective output impedance of
the LDO as for an NMOS pass transistor (ref. equation 2.1):

Ay, Z, 1
Yout - ’ ~ (2.2)
Air pmos Lt A gn- 21 gnA
2. PSR: This metric, defined as ﬁf}fft’, indicates the robustness of the LDO output

voltage against changes in the supply voltage as well as its capability to reject
supply noise.

For both configurations in Figure 2.2 the error amplifier is assumed for now to have
an infinite PSR to investigate only the impact of the pass transistor. This PSR
quantity is defined as intrinsic PSR and denotes the pass transistor’s ability to
suppress supply noise at its input. In contrast, extrinsic PSR indicates the ability
to suppress supply noise coupling in anywhere except for the pass transistor.

Intrinsic PSR can be calculated for both LDO topologies with the small-signal
equivalent circuit illustrated in Figure 2.3. Noise from the supply voltage (Avpp)
can couple to the output voltage node (Awv,,;) either through the pass transis-
tor’s current source or its drain to source resistance rpg modelling channel-length
modulation. Awvg denotes the small signal voltage of the source terminal of the
pass transistor and thus the current i¢; through the pass transistor is given by its
transconductance multiplied by its gate-to-source voltage Avgs = A - Avyy: — Avg.
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AUDD AUDD

9m * (A : AUout - AUS) 'Ds

AUout

Figure 2.3: Small signal equivalent circuit of the LDO output indicating two paths for
supply noise to couple through the pass transistor to the output node

In case of a PMOS pass transistor the path through rpg can be neglected yielding
for the small signal output voltage: Avyy = gm(A - Avgw — Avpp) - (Zi||rps)-
Solving for the intrinsic PSR of the LDO with PMOS pass transistor yields

(Avdd) :gmA—lNA (23)
pmos Im

In contrast, since the source potential (Avg) for the source follower NMOS config-
uration is at Av,y:, 7ps provides the only valid path for supply noise to couple in
directly to Av,y. Therefore, rpg cannot be neglected which results in the following
expression for Avyy: AUput = |G+ (A Avgys — Avgy) + A”‘i‘jfTS”"“t] - Z;. Rear-

ranging to obtain the intrinsic PSR of the LDO with NMOS pass transistor results
in

Avgg Gm - A-Z;-rps
~ — = —gn <A 2.4
(Avo’ut ) nmos Zl g s ( )

This implies that the intrinsic PSR for an LDO utilizing an NMOS pass transistor
is by a factor of the self-gain g,, - 7pg superior to the PMOS pass transistor LDO
configuration [6].

3. output noise: Besides rejection supply voltage noise, a LDO also produces noise
itself. While the noise of the pass transistor is due to its large size negligible, the
error amplifier usually produces the highest output noise [7].

For the generic LDO as illustrated in Figure 2.1 the output noise spectral density
is given by :

R

S0al) = Snres D)+ SuaD) (14 72) 4 Sums (P2) +Sumn - (29)
12 2

which is constituted from noise of the reference voltage S, ,.f, the error amplifier
Sn.ea and both feedback resistances (S, g1, Sn.rf2)[8]-
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4. power consumption: This metric refers to the quiescent power consumption of the
LDO, i.e., excluding the load current delivered at the output. With reducing the
current consumption other metrics such as PSR and output noise can degrade.
Hence, an appropriate trade-off must be identified, especially for ultra-low-power
applications.

5. FoM := PS};M: To evaluate and compare different ultra-low power LDOs this
metric has been newly introduced which targets the trade-off between PSR and
power consumption. Thereby, PSRgpw denotes the gain bandwidth product of the
power supply rejection as DC-PSR does not reflect how efficiently a given quiescent
current Ig is used to provide a certain PSR.

According to equation 2.3 and 2.4, PSR for both pass transistor types is propor-
tional to the open-loop gain of the error amplifier. Consequently, the PSRgpw is
proportional to the gain-bandwidth product of the error amplifier. Assuming an
one pole error amplifier, its open-loop transfer function is given by

. 9m * Rout
1 + jw ' RoutCout

Alw) = (2.6)

with R, denoting its output impedance and C,,; its output capacitance.

Therefore, PSRgpw can be expressed as [A(w,)| - w, = g2, With g,,/Ip == K
for the transconductance g,, and the current Ip through the input differential pair,

PSRagpw can be expressed as

1

PSR =K-Ip- :
GBW P

(2.7)

With the input differential pair operating in weak inversion, which is a valid as-
sumption in the ultra-low power context, K becomes constant and is therefore
essentially a technology dependent constant. By disregarding C,.;, PSRgpw is
directly proportional to Ip according to equation 2.7. Therefore, to find out, how
efficiently the quiescent current is used to generate a high PSRgpw, equation 2.7
needs to be divided by Iy which ultimately yields the FoM:

PSRepw K -Ip- ij
x .

FoM =
0 I )

(2.8)

However, as C,,; has not been taken into account in the previous considerations,
this FoM is limited in applicability: C,,; corresponds to the gate capacitance of
the pass transistor which grows with increasing current driving capability meaning
an LDO supplying a higher current at the output would ultimately have a weaker
FoM according to equation 2.8. Thus, the FoM is only appropriate for comparing
LDOs with similar output-current specifications; within that scope, a higher value
indicates better power efficiency for a given-supply rejection.
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2.2 Voltage Reference

A supply-voltage independent and temperature compensated voltage source is indis-
pensable for a LDO: as a reference for the error amplifier of the LDO it keeps the
output voltage at the desired value.

In principle, such a voltage with zero Temperature Coefficient (TC) can be obtained
by adding two voltages together and scaling the voltages to cancel the temperature
contributions: one that is Positive to Absolute Temperature (PTAT) and one that is
Complementary to Absolute Temperature (CTAT):

Veer = aq - Vprar + oz - Vorar (2.9)

2.2.1 Bandgap References

The terms ”voltage reference” and ”bandgap reference” are often used interchangeably.
In fact, a classic bandgap reference circuit produces a voltage roughly equal to the
semiconductor’s bandgap. For silicon, this extrapolated energy bandgap corresponds
to 1.205V [9].

For the standard bandgap reference circuit, the base-emitter voltage Vpg provides
the CTAT term of equation 2.9 while the PTAT term is obtained from the difference
between two base-emitter voltages biased at a current-density ratio of N. [10].

A suitable circuit that compensates these different slopes is shown in Figure 2.4.
The Operational Amplifier (OpAmp) regulates both nodes A and B to the same po-
tential due to negative feedback. Therefore, the voltage over resistor R3 is equal to
the base-emitter voltage difference between ()1 and Qs.

Ry
Ry
B —
Iy vl b0 Vref
A +
Rs JAVBE

o Lo

VBE

Figure 2.4: Standard voltage-mode bandgap circuit generating a temperature stable
reference voltage near to 1.2 V by summing up the CTAT voltage Vgg with a scaled
version of the PTAT voltage AVpg [11]

The BJT collector current expression equals
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VBE
IC:[S‘Q Vr (210)
with the collector saturation current /g and the thermal voltage Vi = ’“BTT [12].
Solving equation 2.10 for the base-emitter voltage Vg yields

Ic
VBE =In ([_) : VT = VCTAT- (211)

5
Resistors R; and Ry being equal enforces I; and I to be the same and as the
emitter area of () is sized N times larger compared to (); the current density through
transistor ()1 is N times higher. Therefore, the difference in base-emitter voltages

between ()1 and () is determined by

1 I
AVBE = VBE,l_VBE,Q = VTM([_S)_VTM(N_[S> = VTln(n) = ln(N)'VpTAT (212)

The output voltage V.5 can be described as

Vieg = Vi [In(4) - (14 32| + Ve (2.13)

with s = 1 and a3 being equal to In(n) - (1 4+ %) according to equation 2.9. The
fraction Z—; = ay needs to be scaled according to a compensation of the TCs of Vgg
and Vp.
The PTAT temperature coefficient can be determined by taking the derivative of
Vp = % which yields
(SVT ) <I€BT) . ]{IB mV

4t _ - = — ~0.086—— 2.14
or 0T q e 0.086 K ( )

To obtain a temperature compensated output voltage at node V,..; according to
equation 2.13 Vg needs to exhibit a linear dependence with temperature as well,
but with a negative TC. This is not evident by equation 2.11 which indicates at first
glance again direct proportionality with V. However, in equation 2.11 the collector
saturation current /g introduces an extensive temperature dependence of [13]

_ Ag-q-Du(T)-ny(T)?
- N A w

with Ag being the emitter-base junction area, ¢ the electron elementary charge,
D,, the electron diffusivity in the base, n; the intrinsic charge carrier density, N4 the
base doping concentration and W the effective base width. By applying the Einstein

relationship D,, = % - pn(T) with p, being the electron mobility, and substituting

Is(T)

(2.15)

n? = B-T3 exp(— kigT) for the intrinsic charge carrier density with B being a material
dependent parameter and E, the bandgap energy for silicon the whole temperature
dependence in equation 2.15 is unfolded [13]:

Ap-aq-u(T) - L . B . T3 . cxp(— Lo
_ B4 w(T) . p( kBT) =C - u(T)-T* - exp(— Ey ). (2.16)
Ny-W

Io(T
s(T) kgT
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The constant C' in equation 2.16 includes all temperature independent parameters.
Consequently, the corresponding expression for Ig(7) can be inserted into equation
2.11:

—In [C ) ]{'BT
Vig(T) =1 (c-u(T).wap(,;j;)) -~ (2.17)

As for temperatures much greater than 0K mainly lattice scattering limits charge
carrier mobility, u, is proportional to T2 [14]. Therefore, electron mobility can
be expressed as fi - T-3 and by introducing another temperature independent factor
D= é_cu the base-emitter voltage can be expressed as

D kgT E,
Equation 2.18 now allows to compute Mgg’f which yields
(SVBE D kB kB
=n|—) - ——-25-— 2.19
oT " (T2~5) q q (2.19)
with the temperature independent parameter D described as
Ic - Nyp-W
D = ) 2.20
Ag-kp-fi-B ( )

Reasonable values for D result in factor D to be around 2-1073. Therefore, equation
2.19 will always be negative for temperatures above 1K indicating a negative TC for
ViE.

Figure 2.5 illustrates Vpp and Vpp

5T
tion Vpg exhibits a constant CTAT behaviour within a temperature range of 240 K and

380 K with the TC spanning from —1.5 m?v to —2 m7v which stands also in accordance

for different values of D. As a first approxima-

with values reported in literature [10].

1.2,

-3
05 X 10
1 — D-02
0 0 —D =002
> D = 0.002
g 081 =< s ———D = 0.0002
)
m 0.6}
N ——D =02
— D =002
0.4+ D = 0.002
——D = 0.0002
0.2 : [ A ! 95 | | | |
0 100 200 300 400 0 100 200 300 400
T in K T in K

5‘§§E depending on parameter D

Figure 2.5: base-emitter voltage Vg and its TC

Interestingly, the total variation of the TC of Vzp within a certain temperature
range is independent from D and can be calculated between 240K and 380K to be

10
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around +50 % This value indicates the worst case TC variation from lowest to
highest temperature. By assuming a mean TC of —2 ’”TV this total variation is only
5% relative to the mean TC and therefore negligible for a bandgap circuit that only
compensates for first order linear terms.

Assuming ‘WBE = 252~ m and taking the derlved value for % of 0.086 == mV (ref.

equation 2.14), the o factor can be calculated to —=—

5056 086 ~ 23 for temperature Compen-

sation and an output voltage level near to 1.2 V[10].

2.2.2 Sub-Bandgap References

For latest process nodes, where the supply voltage is often limited to values below
1.1V, a classical native silicon bandgap delivering around 1.2 V as described in chapter
2.2.1 cannot be implemented. Hence, new circuit topologies known as sub-bandgap
architectures have been developed in recent years to overcome this supply voltage
limitation [15].

One widely used approach for such a sub-bandgap reference is illustrated in figure
2.6 [16]. While the core of this bandgap reference consisting of @1, Q2 and Rj is

M [iM
1 MQ 3

Yiref

O Vref

R, I 4 Y14 ;Rz §R4
[lB Ql ’—‘:lQQ V[QB

Figure 2.6: Current-mode voltage reference adding up a PTAT and a CTAT current
at node A to obtain a zero TC current I, that flows through Ry to generate Vs [16]

equal to the previously analysed circuit in figure 2.4, the temperature compensation
technique is different for this approach: Rather than adding up two voltages with
opposite TCs now two currents with opposite TCs are added up with the resulting
zero TC current flowing through a resistor to generate V,.s [17].

By introducing two resistors Ry and Ry CTAT and PTAT currents are added
together at node A and node B, respectively. The voltage drop across Rs is again

Vr - In(n) resulting in a PTAT current of I14 = %’;‘("). Moreover, the resistances R

and Ry are providing the additional CTAT current component of I1g = VBE Q2 The

11
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transistors M1 to M3 are equally sized to mirror the sum of I;4 and I3 to the output
node where this current /,.; is converted to obtain a reference output voltage of [16]

(2.21)

Vr-in(n)  Vigg2

Vref:R4'( Rs + R )
Even if this reference voltage topology allows in principle an arbitrary voltage level
below the supply, this approach has also some limitations: Firstly, compared to the
circuit in figure 2.4, the output voltage V,.; cannot be loaded at all and can even be
sensitive to load leakage. Moreover, the circuit is highly sensitive to supply voltage
noise with no feedback mechanism that senses the output voltage V,.s [15]. Therefore,

it requires an inherently stable supply and the output to be eventually buffered.

Definition of temperature coefficient

One of the most important performance metric of a reference voltage is its tempera-
ture coefficient (TC). The reference voltage in dependence on the temperature can be
expressed as a Taylor series around a temperature T as

Viet(T) =Vo+a- (T —Tp) +b- (T —Tp)* + ... (2.22)
Mathematically, the normalized temperature coefficient is defined as the first deriva-
tive of V .y evaluated at a temperature 7™
1 dV,er(T)
Vo dT

As this value is highly dependent on the specific temperature T, this expression

TC = (2.23)

T=T*

is less meaningful for comparison between different implementations. Hence, another
metric is usually used that describes an averaged TC over a certain temperature range
and is defined as

V;“ef maxr V;“ef min
TCu, = : : 2.24
g ‘/0 : (Tmaaz - Tmm) ( )

2.3 Current Reference

Unlike with voltage references the primary goal for current references used for biasing
is often not to have a perfectly stable current over temperature. Instead, the main
objective can be to provide with a certain biasing equal circuit performance within the
specified temperature range.

Overall circuit performance is governed by the small signal parameters of the
individual transistors, namely transconductance g¢,, = Sips

0Vas
Tout = g{};i . In OpAmps, for instance, the unity-gain bandwidth depends solely on %z

and output resistance

Thus, by keeping g,, of the input differential pair constant, the frequency response of
the OpAmp is approximately invariant with temperature [18].
Ipg for a MOSFET biased in strong inversion (SI) is given by
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1pCy W

2 n L
with W and L being the channel width and length, ;1 the channel carrier mobility,

C,: the gate-oxide capacitance per unit area and n the substrate factor. Similarly, the

(Vas — Vin)® (2.25)

Ips =

current equation in weak inversion (WI) is [12]

Vas — Vth) (2.26)

w
Ins = 2npuC,, Vi - - eTp < e
T

Calculating g, = g‘l/’gz both for the current equation 2.25 and 2.26 results in the

following two equations for the transconductance g,, in dependence on Ipg:

,uC'Og; W 2[DS [DS
m,s1 = {21 — | =g d mWI = 2.27
Gm,ST \/ DS < o ) (L) Ves — Vin an Im,W1 nVr (2.27)

As both the carrier mobility p and the inverse of the thermal voltage VLT has a
negative TC, the drain to source current Ipg needs to have a positive TC to obtain a
constant transconductance g,, according to equations 2.27.

The standard circuit solution that generates such a PTAT current is shown in figure
2.7: As M3 and My are equally sized, the current through both branches is the same.

M My

e

Iref

Iref

T L

M, M,

Ry

Figure 2.7: Fixed-g,, biasing current source setting the transconductance of M1 to
2 (1) o
b VK

With M, being K times bigger than AM; and by introducing a resistance at the
source of M, the current [, is ultimately defined by the equation for Vigg1[10]:
Vasi = Vasa + Lrep - Ry (2.28)

Assuming that all transistors operate in strong inversion, their gate to source volt-
ages can be expressed as Voy + Vy, with Vo denoting the overdrive voltage: Vigg — Via.
With the channel width of M, being K times wider than M; its overdrive voltage can

13
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be expressed as Vov e = % Writing equation 2.28 in dependence of Voy.an
yields:
1
Vov,ui + Vinvn = Vovoan - \/_F + Vinvo + Lep Ry (2.29)

Assuming the threshold voltages of M; and M, are being equal, equation 2.28 can
be transformed to obtain an expression for the transconductance of M (ref. equation
2.27)[18]:

oL 2 1
m = = —|1—-— — 2.30
Gm, M1 Vovarr Ry ( \/F) (2:30)

As intended, the transconductance of M, is determined only by the resistance value
of R, and the sizing ratio between M; and Ms. Moreover, it is independent of the
supply voltage, carrier mobility u, oxide capacitance C,, and threshold voltage Vi,
rendering g, a1 invariant with Process, Voltage and Temperature (PVT) [18].

2.4 Fully Depleted Silicon-On-Insulator

The LDO together with the reference system is being implemented in a 22nm Fully
Depleted Silicon-On-Insulator (FDSOI) process. This technology offers multiple analog
performance advantages compared to an equally downscaled bulk CMOS node.

Figure 2.8 illustrates cross-sectional views of transistor device types in FDSOI.
While in standard bulk CMOS the channel is part of the substrate, all active transistor
areas are now separated by a Buried Oxide (BOX) from the substrate. This dielectric
isolation allows besides the conventional well structure also a flip well structure where
a NMOS transistor is placed in a n-well and a PMOS transistor is placed in a p-well
as illustrated in figure 2.8b.

PMOS NMOS NMOS PMOS
A A A A
' L ' f VS \
G G G G
D S D 5 D 5 D 5
VBBP VBBN VBBN VBBP
SR, S . [, | -
[ BOX | BOX BOX | BOX |
P-Well P-Well
NWell We NWell
| P-Sub 3 s
(a) Conventional Well Transistors (b) Flip Well Transistors

Figure 2.8: FDSOI cross section with its two possible transistor device types [19]

The channel area is undoped and fully depleted which results in very good elec-
trostatic controllability. Thus, FDSOI offers higher transconductance g, for a given
current compared to an equivalent bulk process node rendering it ideal for ultra-low
power applications[19].
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For standard bulk processes threshold voltage modulation by applying a body bias
is possible, but constrained by the parasitic diodes between the drain/source areas and
the substrate, resulting in a total variation of only a few tens of millivolts. In FDSOI,
body biasing is limited only by the breakdown voltage of the parasitic diode between
n-well and p-substrate or between p-well and deep n-well. This enables a wide body
biasing range and total threshold voltage modulation of approximately 250mV[19].
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Chapter 3

State of the Art

In this chapter, state-of-the-art circuit implementations for LDOs and bandgap ref-
erences in the ultra-low-power domain are evaluated and compared using the perfor-
mance metrics defined in chapter 2.

The conventional approach is to implement the LDO together with a separate
bandgap reference circuit as described by the examples in chapter 2.2.1 and 2.2.2.
This results in an overall design that is composed of two OpAmps rendering it not
feasible for an ultra-low power design.

3.1 Self-Referenced LDO Topologies

To overcome this power and area overhead topologies have been investigated that
are incorporating the bandgap reference inside the LDO core. They can be divided
into two groups: ones that are relying on a CVR and ones that are using a hybrid
BJT-MOSFET approach.

3.1.1 Self-Referenced LDO based on CVRs

Compared with the BJT-based voltage references discussed in chapter 2.2, references
built solely from MOSFETSs can readily achieve power consumptions below 25nW
20, 21, 22, 23|. To enhance the current driving capability of such circuits, recent work
integrates these MOSFET-only references into LDO circuits [24, 25].

In particular, the circuit solution proposed by Ren et al. [25] features an exceptional
power consumption of only 3.76 nW. As illustrated in Figure 3.1 it utilizes a cascoded
Flipped Voltage Follower (FVF) for the error amplifier which is also commonly included
in conventional LDOs to provide an inner fast loop with less gain for load transients
[26].

The output voltage V,,; is equal to

Vour = Vs ans + Vser (3.1)

with Vsg a1 exhibiting a negative TC due to the CTAT characteristic of the thresh-
old voltage of Mi3, while Vsgr, the gate voltage of M3, increases with temperature
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(PTAT) [25].

The PTAT voltage generator follows a cascaded approach to obtain a boosted
voltage with positive TC. It consists of the constant g,, current source marked in
green which is used for biasing the cascoded FVF. Additionally, it provides a PTAT
voltage at node Vi which is further scaled by the trimming resistor Ry and increased
by the drain to source voltages of M; and M.

The transistor configuration marked in blue (ref. Figure 3.1) is a widely used
structure for ultra-low power voltage references. With Mg/M; and My/M;q biased in
weak-inversion this results in an equation for the drain-to-source voltage that is equal
to the difference of two gate-to-source voltages [27], e.g.

(%)%)
(3.2)

(),

with n being the substrate factor, a technology dependent parameter.

Vs, = Vasa, — Vasu, = AV, +nVrln (

By using the same transistor type with equal length for Mg, M7, My and Mg the
threshold voltage difference AV}, becomes zero to obtain a pure PTAT voltage [25].

: Start-up Circuit : o PTAT Voltage Generator I Cascode FVF
1 1 1
: : Il ll im]*l lmz*ll llBl
Vs s

1 : —]
:LLI‘I 'Ms:H ILEM4 H:Ms H:Ms -EM11

— 1 1
T Msy ! . ——i mp

1 1
1 1 1 1
Mg Mg ' 1——"—- Vourt
: : [ M ===
1 Ms3 : M1 :I —|E M2 : : :
1 —II: 1 M7 M1ol VSET .IE M13
1 1 1 i o wsiie ¥
: 1 VR 1
i :IMsz : RoT : i M1
1 |_ 1 > 1
Vourt = |

: : R1Z{IR1 : B2
1 1 1
1 1
1 1

Figure 3.1: Ultra-low power LDO with embedded CMOS voltage reference (CVR)
featuring a power consumption of only 3.76nW [25]

While this circuit features a remarkably low current consumption, it also has some
limitations. First, it is highly sensitive to process variations that are mainly influencing
the threshold voltage of transistor M;3. This directly affects the output voltage through
the source-to-gate voltage of Mi3 in equation 3.1. Therefore, such fully MOSFET-
based reference systems will always need trimming which is implemented for this circuit
with the resistor Ryr. Moreover, due to the relatively low gain of the cascoded flipped
voltage follower other performance metrics like PSR or DC accuracy are likewise also
performing below average for this concrete implementation.
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3.1.2 Hybrid BJT-MOSFET self-referenced LDO

The threshold voltage of a MOSFET is a comparably poor CTAT voltage source as it
is highly dependent on process variations. Typical sub-100 nm CMOS process nodes
exhibit a total variation of 80 mV from slow to fast corners [27]. For a circuit topology
as described in the previous chapter this variation can be directly observed at the
output node.

As the base-emitter voltage features a more robust CTAT characteristic with pro-
cess, recently hybrid approaches have also been reported that are relying on a single
BJT for generating the CTAT voltage [28, 29, 30].

Figure 3.2 illustrates a circuit solution proposed by Eberlein and Pretl [28] featuring
a bandgap reference with current driving capability. By means of an asymmetrical
sizing of the input differential pair (Mg and M;) that is biased in weak inversion, a
systematic offset equal to the Vizg voltage difference is incorporated over resistance R,,.
Similar to equation 3.2, this results in a PTAT voltage proportional to the thermal
voltage Vi of Vprar =n - Vp - In(N) with N defining the sizing ratio of Mg and My .

e T
e
“
Vbg
M6 —{ >

[ Ey
T 8 ol

VSSs

Figure 3.2: Hybrid self-referenced LDO utilizing a single BJT transistor as a CTAT
voltage and an asymmetrical input differential pair as a PTAT voltage [28]

The CTAT voltage Vgg and its TC of about —1.5% (ref. chapter 2.2.1) is scaled
down with the resistive divider formed by R1 and R2. By means of superposition the
output voltage can be derived as [28]

1
R\R, > o g

Vi =ay -V, -V =V "\t e mw) TVEE R
bg = Q1 Vprar + Q2 - Vorar PTAT ( +R1+R2 R, T Vee R1+R2(

The voltage V}, is generated in a closed loop where the error amplifier controls the
gate of My to maintain Vprar = n - Vp - In(N) and where the scaled CTAT voltage
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sets the common mode voltage of the error amplifier. Therefore, M, acts as the pass
transistor of an LDO providing a low-ohmic output node V;,.

The resistor ratios have to be sized such that the TC of Vprar and Vorar are
canceling each other out: Instead of enhancing the PTAT voltage to balance the
higher absolute TC of the CTAT voltage Vg as with the standard bandgap reference
circuit described in chapter 2.2.1, now the CTAT voltage is scaled down to match the
smaller TC of the PTAT voltage. This is enabling a sub-bandgap voltage of around
600mV at the output [28].

3.2 Cross-Topology Performance Comparison

Table 3.2 provides an overview on performance metrics for LDO circuit solutions with
an embedded voltage reference. Both topologies which are relying on a BJT-based
voltage reference and MOSFET-only approaches are shown.

Interestingly, only the earliest published work listed in table 3.2 by Kwong et al.
[31] is featuring an NMOS pass transistor. It also shows by far the best line-regulation
(DC-PSR), but with a subpar PSR at 10kHz and a relatively high quiescent current
consumption of 28 pA.

All other circuits in table 3.2 are using a PMOS pass transistor instead. This allows
for a lower possible supply voltage without compromising the load driving capability
of the LDO. Although this can be overcome for an LDO with NMOS pass transistor
by implementing a charge pump, this comes at the cost of introducing additional
switching noise as well as a slightly higher power consumption. That’s why most
implementations in the ultra-low power context rely presumably on a PMOS pass
transistor.

The quiescent current I is significantly lower for LDOs with embedded CVR with
latest hybrid BJT-MOSFET solutions are showing promising values below 1 A as well.
However, these approaches ([29], [32]) are showing a relatively weak PSR at 10kHz.
Therefore, even though the circuit proposed by Luo et al. [24] having mediocre PSR at
10kHz, it shows the smallest value for the FoM indicating best power supply rejection
for the given current.

A big advantage for the LDO topologies with embedded BJT Voltage References
(VRs) is their inherent robustness against process variations. Only in [29] the necessity
of trimming is discussed, as the base-emitter voltage is scaled down by a MOSFET-
based voltage divider which exhibits poor matching.

In summary, it can be stated that both LDO topologies with embedded voltage
reference discussed in this chapter have their strengths and weaknesses. Therefore, the
application along with well-defined specification decides in the end whether the one or
the other is more suitable.

19



0¢

Unit 2011: Kwong et | 2019: Eberlein | 2022: Yang et 2024: Ren et 2024: Luo et 2025: Bansal et
ni
al. [31] et al. [33] al. [32] al. [25] al. [24] al. [29]
: : : D -
LDO with LDO with LDO with LDO with LDO with O wit
Structure - embedded BJT | embedded BJT | embedded BJT embedded CVR. | embedded CVR embedded BJT
VR VR VR VR
Pass
) - nmos pmos pmos pmos pmos pmos
transistor type
Technology - 500nm 16nm FinFET 180nm 180nm 180nm 65nm
Vin \Y 0.95-5 >1.05 1.68-2 0.8-1.8 0.7-1.8 0.8-1.2
Vout \Y 0.235 0.9 1.19 0.6 0.436 0.608
max. Lipaqg mA 3.2 - 5 10 1 10
quiescent 0.005 @0.8V
A 28 125 0.21 0.01 0.301
current Iq a 0.009 @1.8V
temperature °C ~40-120 ~40-125 ~40-125 ~40-125 -20-140 -40-120
range
TC ppm/°C 34 43 9.7 23.1 33Q 1 = 1pA 26.2
line regulation | mV/V 0.05 0.63 10 8.065 0.77 3.925
d
load mV/mA 3.6 - 1.53 0.02 - 0.12
regulation
PSR (@10 ~ 45 (@ ~ 17(@ high
B ~59(TT - ~23(Ql, = 1uA)| ~5 d
kHz) d Vin = 1.5V) 59(TT) load) (al, HA) (measured)
area mm? 0.045 0.0044 0.07 - - 0.017
@ light load:
FoM Q1A load:
P‘;R i Hz/A 2.8 10° 8- 1010 2.101%; @heavy ; 1“ mff 3.73 - 1010
GEW/SQ load: 3.4 - 10"
trimming
, - no no no yes yes yes
required

which are either incorporating a BJT-based voltage reference (VR) or a cmos voltage reference (CVR)

Table 3.1: State-of-the art performance comparison focusing on LDOs




Chapter 4

System Modelling

This chapter establishes the system-level context by analyzing the target application
and describing the circuit blocks within the AFE (ref. Figure 1.1). On this basis,
justified specifications for the LDO and reference system are derived, which in turn
guide the choice for an appropriate topology.

4.1 Specification Derivation in the System-Level-
Context

The intended application for this edge-Al system is always-on keyword spotting. Ac-
cordingly, the environment is continuously captured by a microphone, and an SNN
determines whether any keyword from a predefined set is present. Serving as the in-
terface between the microphone and the SNN, the AFE converts raw analog waveforms
into spike-based inputs for the SNN. Therefore, Figure 4.1 illustrates the circuit blocks
of the Analog Frontend.

Vaar LDO and Reference
System

AVDD Vies, Ies DVDD

l fl e SNN
Encoding

-
v
gl
:

Analog Frontend

Figure 4.1: Detailed block diagram of the Analog Frontend for an always-on keyword
spotting application including power supplies (AVDD and DVDD) and reference sys-

tem
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The analog voltage supply AVDD and the current and voltage references are to be
designed for this specific AFE: The microphone signal is fed directly into a variable-gain
Low-Noise Amplifier (LNA). The LNA output is then distributed to seven bandpass
filters with logarithmically spaced center frequencies. For each bandpass-filtered signal,
a dedicated envelope tracker circuit extracts the envelope. One spike encoder per
channel converts the envelope into a spike train whose spiking rate is proportional to
the envelope’s slope.

4.1.1 Implications for the LDO and reference system

The block diagram shown in Figure 4.1 already imposes some implications on the LDO
and reference system.

First, the LDO is sharing the voltage supply with the microphone which potentially
introduces noise at the speech band between 100 Hz and 8 kHz. Therefore, sufficient
PSR needs to be provided by the LDO. This is particularly critical since the LNA,
which is being supplied by the LDO, provides relatively poor supply voltage rejection
as illustrated in Figure 4.2. For the three highest gain settings a voltage ripple on
the supply of the LNA is even amplified at 10 kHz. Therefore, to avoid substantial
noise at the output of the LNA, a PSR of at least 60dB up to 10kHz under all process
corners is targeted for the LDO.

20 -

40 -

Magnitude in dB

-60 +

-80 +

T50Hz— — e -
40KHz-

10*

106

108

_100 T S T O I I T S 11 N I T R S O I 1 B
1074 1072 10° 10

Frequency in Hz
Figure 4.2: Power supply gain of the LNA (typical corner @ 27°C) showing amplifica-
tion of supply noise for frequencies between 750Hz and 140kHz

The output voltage level of the LDO is governed by the LNA, the bandpass filters
and the envelope trackers which are designed for a supply voltage of 800mV. Even
though the spike encoder circuits are likewise powered at 800 mV, load transients due
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to harsh switching activities are expected to lead to noise coupling onto the supply
rails. This may induce substantial noise at the LNA output due to its lacking rejection
of supply noise for specific frequency bands and gain settings. Consequently, the LDO
should serve as a dedicated analog supply, with the spike encoder and the SNN powered
by separate digital rails.

The input voltage range of the LDO is dictated by specifications for the microphone
and the battery. As both are not yet finalized, the LDO is designed to operate between
1.2V and 1.8V as this covers most of the discharging curve of an alkaline cell [34].

Figure 4.3 depicts simulation results for the frequency responses of the seven band-
pass filters after the LNA. As the relevant frequency range for speech recognition is
below 8 kHz [35], the center frequencies are logarithmically spaced between 50 Hz and
3 kHz . This mimics the hearing process in the human ear: as the acoustic waveform
travels along the cochlea higher frequencies are being attenuated whereas low frequen-
cies persist[36]. This leads to a separation of frequency information along the cochlea,
which are in fact bandpass filtering mechanisms.

Magnitude in dB

SkHz ——

_100 L LA L Lol L L “Hul[ L R | L L AAAAAAJF
10° 10 102 10 104 10°
Frequency in Hz

Figure 4.3: AC frequency response of bandpass filterbank consisting of 7 logarithmi-
cally spaced bandpass filters with center frequencies between 50 Hz and 3 kHz

With the center frequencies being well below 10 kHz the previously specified LDO
PSR requirement - at least 60dB up to a frequency of 10 kHz - is also appropriate for
the bandpass filters and the subsequent envelope trackers.

Also the load driving capability of the LDO is determined by the current consump-
tion of the first three blocks of the AFE. With about 350 nA for the LNA and 100 nA
for both the bandpass filters and envelope trackers the total current consumption is
estimated to be around 550nA. Accordingly, the LDO is designed conservatively to
operate from 0 A load up to 2 pA.
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4.1.2 Design Specifications for the LDO and Reference Sys-
tem

Besides the specifications that are directly tied to the application and the circuit
implementations of the corresponding AFE blocks, a few additional design targets
need to be defined especially regarding the reference system.

Therefore, Table 4.1 provides a complete overview for the design specifications of
the LDO:

Specification | MIN [ TYP | MAX | Unit |
Positive supply Vpp 1.2 - 1.8 \Y
Negative supply Vsg - 0 - \Y
Output voltage V. 0.76 0.8 0.84 A%
Power Supply Rejection (@ 10kHz) | 60 - - dB
Quiescent current I - - 0.5 1A
Load current I, 0 - 2 1A
Capacitive load C7p, 0.5 1 2 pF
temperature range -20 27 85 °C

Table 4.1: Design Specifications for the LDO

Additionally, Table 4.2 illustrates the design targets for the reference current as well
as the reference voltages. Accordingly, the temperature characteristic of the current
reference can lie somewhere in between a temperature compensated reference and the
PTAT characteristic imposed by a constant-g,, current reference (ref. chapter 2.3).
This relaxes the requirement without sacrificing performance of the AFE compared to
a purely constant current reference.

6.4nA +/- 20 % with a TC between 0 and the TC of a
constant-gm bias circuit
Reference voltages Vs 200mV, 400 mV each with +/-5% tolerance

Reference current I,.f

Table 4.2: Additional specification for the voltage and current reference

4.2 Topology Selection for the LDO and the refer-

ence system

No load driving capabilities for the two reference voltages (200mV and 400mV) as well
as relaxed specifications for the TC of the current reference I,.; motivate a design
approach that fully focuses on the LDO itself in the first place.

The design shall be based on one of the discussed topologies from chapter 3 that
incorporates the reference voltage generation inside the LDO core to avoid the overhead
of having a separate reference voltage subblock. With a current budget of 500 nA even
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a self-referenced LDO topology which utilizes a BJT for a process invariant CTAT
voltage component is feasible and has been therefore chosen. As discussed in chapter
3, this choice provides a PVT-robust output voltage without the need for trimming.

4.2.1 Limitations of State-of-the Art

As a starting point, the circuit topology presented in chapter 3.2 is further analysed
in accordance with the derived specifications from chapter 4.1.2. Figure 4.4 therefore
provides a simplified schematic composed of an ideal OpAmp together with a discrete
PTAT voltage source which introduces a systematic offset between inverting and non-
inverting input of the error amplifier.

D VDD

Vb
J| M pass
@ I bias
Vbb Vprar
()

AR\

Ry, &\ Vprar

~ j Iprar A AN ICTIAT |
A Ry

R
? Verar ?j

Figure 4.4: Simplified Schematic of hybrid BJT-MOSFET self-referenced LDO from
28] (ref. chapter 3.2) with marked noise paths for intrinsic PSR (blue) and extrinsic
PSR (red) as introduced in chapter 2.1.1

Referring back to the output voltage equation introduced with equation 3.3, the
following two conditions need to be fulfilled to obtain a temperature compensated
output voltage at V,,; of 800mV:

+ RR:-RI% . RL , Yerar
1 2 P oT
DT -y
1+ R2
R1R2 1 ~ RQ ~ !
17 1+—— - — |-V — -V = 800mV 4.2
(1) < +R1+R2 Rp) PTAT+R1+R2 CTAT m (4.2)

Equation 4.1 specifies the condition for a temperature compensated V,,;. Equation
4.2 forces the mean values of Vprar and Vorar regarding temperature (Vppar and
Vorar) multiplied by their scaling factors to sum up to 800 mV.
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From a mathematical point of view this constitutes a system of two equations with
three unknowns, namely the values of the resistances R;, Ry and R,. The resistor R,
is a freely chosen parameter as it directly sets the current Ippar = VPRLPAT which is
needed to be kept as low as possible to provide ultra-low power operation.

Figure 4.5 illustrates the temperature compensation mechanism for V,,;. Accord-
ing to the calculations carried out in chapter 2.2.1, the base-emitter voltage Vpp as
the CTAT voltage imposes an about 15 to 25 times higher TC compared to the PTAT
voltage V. By attenuating the base emitter voltage through resistors R; and Ry, and
at the same time enhancing the PTAT voltage with a factor of 1 + % . Rip, theo-
retically an arbitrary output voltage V,,; in between 160 mV and 1.2V is achievable.
Both corner cases correspond to a situation where only one of the two quantities is

scaled so that its TC matches the absolute value of the other.

1.2
— — —-Vprar
1 — — —-Verar
B Verar scaled
= Vorar scaled
E 081 Vout
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L T e e U
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-20 -10 0 10 20 30 40 50 60 70 80

Temperature in °C

Figure 4.5: Temperature compensation mechanism for circuit in figure 4.4: Summation
of enhanced Vprar and attenuated Vorar results in a temperature-compensated V,,;

Even though an analysis of equations 4.1 and 4.2 may imply such a wide operating
range of the circuit presented in figure 4.4, operation near either corner case impose
significant challenges.

To obtain 160mV at the output, the ratio of resistors R; and R, is set to properly
adjust the TC of Vorar, but their values need to be sized extremely low-ohmic to
minimize the scaling of Vppar. This causes most of the current ;s to flow through
Ry and R, with the BJT effectively being bypassed.

In contrast, for 1.2V at the output, R; and Ry needs to be sized high-ohmic to
provide reasonable enhancing of Vprar. This causes nearly all the current from Iy,
to flow through the BJT. Furthermore, the potential at node A is rising above the
potential at node B causing Iorar to collapse. Therefore, for both corner cases the
circuit does not work as intended. Simulations have shown that for a reasonable current
only output voltages in between 400 mV and 600 mV are feasible with this topology.

In order to make this topology work for the derived specifications, some adjustments
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are required which will be discussed in chapter 4.2.3.

4.2.2 PSR Implications for the Pass Transistor

The input and output voltage specifications (ref. table 4.1) offer enough headroom to
allow for an NMOS pass transistor as well. According to equation 2.4 this results in
an intrinsic PSR which is by a factor of the pass transistor’s self gain higher than an
LDO utilizing a PMOS pass device. As derived in chapter 2.1.1 the intrinsic PSR only
takes the noise path through the pass transistor to the output node into account and
therefore assumes infinitely high PSR for the error amplifier and the VR. In practice,
the overall PSR of an LDO can even be higher than this intrinsic PSR when the noise
introduced by the error amplifier at the gate of the pass transistor is highly correlated
to the supply noise [6].

Hence, the system PSR is highly tied to the circuit topology. For the LDO design
in figure 4.4, besides the intrinsic PSR path marked in blue, supply noise can also
couple in through the error amplifier and current source Ip;,s. These two pathways are
merged and denoted as extrinsic PSR in the following.

Figure 4.6 compares how these two PSR paths contribute to the overall PSR for this
particular circuit topology and different pass transistor types. For this comparison,

100 100
_________ - I T T I
80 L o AN 80 | .
% \\\ \‘ s % \\ _——
\
i= 607 A /! g 60 I - \\ /
o s Y v o ~ v !
g 40 \\\‘ 11',, g 40| \\\ \‘ II .
= \\WZe R \ WINY 4
g W = v 0/
% 20| ¢ 5 20| 1/
\
= System PSR = System PSR A\
0+ |= = = -Intrinsic PSR 0+ |- = = -Intrinsic PSR, ‘“'
- - -« Extrinsic PSR - - = - Extrinsic PSR I
-20 : -20 :
10° 10° 10° 10°
Frequency in Hz Frequency in Hz
(a) NMOS pass transistor (b) PMOS pass transistor

Figure 4.6: Power Supply Rejection composition depending on the pass transistor
Mp,ss for LDO topology depicted in figure 4.4

the same implementation for the error amplifier, namely a basic telescopic OTA with
NMOS input pair together with a PMOS source follower output stage, has been used
with both pass transistor types. Moreover, the pass transistors have been sized for
equal ?—g—ratios to ensure comparable operating conditions.

As expected from equation 2.4, the intrinsic PSR for an implementation with
NMOS pass transistor is significantly higher compared to a PMOS pass transistor.

That is the reason, why only in figure 4.6b the intrinsic PSR dominates the system
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PSR over the whole frequency range. In contrast, in figure 4.6a, the intrinsic PSR is
about 16 dB higher than the extrinsic PSR for frequencies below 10 kHz. Therefore,
the extrinsic PSR dominates for frequencies below 3 MHz with the intrinsic PSR taking
over for frequencies above.

These observations are rendering an NMOS pass transistor more appropriate for
the topology presented in figure 4.4 as for the same current the overall system PSR is
about 20 dB higher and not directly related to the open-loop gain of the error amplifier
as with a PMOS pass transistor.

4.2.3 System Model

The primary goal for a final system model is to address the identified limitations of the
circuit in figure 4.4 while retaining the general concept of the hybrid BJT-MOSFET
self-referenced LDO as introduced in chapter 3.2.

Figure 4.7 presents the final system model in accordance with the specifications
outlined in chapter 4.1 with highlighted adjustments. By switching M,,ss from PMOS
to NMOS the sign of the loop-gain is been inverted which requires the OpAmp input
terminals to be flipped to maintain a negative feedback loop.

Moreover, resistance R3 between the output node V,,; and the inverting input of the
OpAmp introduces an additional voltage drop equal to R3 - Ipprar from the inverting
input of the OpAmp to V,,;. This is in fact the desired additional PTAT voltage
scaling mechanism that doesn’t compromise the current I;,s for the BJT biasing.

VDD VDD

RQ VC TAT,scaled ﬁ

Figure 4.7: Final system model for the LDO with incorporated voltage reference that
aligns with the specifications outlined in table 4.1

With these adjustments the output voltage equation adapts to

28



CHAPTER 4. SYSTEM MODELLING

1 Rl‘RQ R2
Vs = Verar - 1+ — « (Rs + —""2\ + Viopur - —2—.
¢ = Verar | R, (s R1+R2)] CTAT " B IR,

Equation 4.3 still relies solely on resistor ratios for the scaling parameters «; and

(4.3)

as. In general, these are matching very well such that the accuracy of V,,; is not
compromised by the proposed adjustments and trimming is still not required.
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Chapter 5

Circuit Implementation and
Verification

This chapter features the transistor-level implementation of the system model derived
in chapter 4. First, the individual circuit blocks are being discussed in detail fol-
lowed by a validation of the complete circuit in chapter 5.2. Furthermore, chapter 5.3
discusses layout considerations are presents initial post-layout simulations results.

5.1 Circuit Implementation

Figure 5.1 illustrates the block level schematic of the LDO including the reference
system: In principle, it illustrates a partitioned version of the system model schematic

Figure 5.1: Complete block-level schematic for the LDO and reference system

in figure 4.7 with the reference voltage and current being derived at the LDO output.
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All of the highlighted subblocks are separately described in the following subsections.
This includes the error amplifier (ref. chapter 5.1.1), the reference system (ref. chapter
5.1.3) and the output stage together with CTAT branch (ref. chapter 5.1.2).

5.1.1 Error Amplifier

The error amplifier of the LDO has been realized in the form of an Operational-
Transconductance Amplifier (OTA) with a source follower output stage.

In principle, an OTA itself would have been sufficient to drive the gate of the pass
transistor. But with an NMOS pass transistor high constraints have been introduced
regarding the output swing of the OTA towards the positive rail, especially at minimum
supply voltage. Therefore, the voltage shifting nature of a common drain stage has
been utilized to relax the output swing of the OTA.

With the NMOS pass device and the source follower of the error amplifier already
constituting additional stages, a single stage topology has been chosen for the OTA to
avoid complicated frequency compensation of the complete system and keep the power
consumption as low as possible. To ensure sufficiently high gain for DC accuracy as
well as large enough PSR either a telescopic or folded cascode OTA are feasible. Both
topologies are providing similar open-loop gain while the folded cascode topology offers
enhanced input and output swing at the cost of twice as much current consumption
compared to a telescopic OTA. With the input common mode voltage being sufficiently
constant and only governed by the temperature dependence of the base-emitter voltage
according to figure 5.1, a telescopic OTA with a cascaded source follower is identified
as the most suitable topology.

Therefore, figure 5.2 illustrates the transistor level schematic of the error amplifier:

The telescopic OTA consists of an NMOS input differential pair with M, being
scaled 9 times larger than M; and both transistors being biased in weak-inversion to
obtain a systematic PTAT voltage offset equal to

Vossset.prar =n - Vp - In(N) (5.1)

as discussed in chapter 3.2.

To achieve a sufficiently large gain and PSR for all corners the PMOS cascode
transistors M, and M; are actively biased by a negative feedback loop utilizing a
PMOS transistor in common source configuration. This is the easiest form of circuit
concepts known as gain boosting which enhance the output resistance of the cascoded
PMOS branch approximately by the gain of the common source stage [10]. Therefore,
the output impedance of M; together with its cascode Mj is given by

Rout,M5/M7 = gm,Mlo(Tds,MloHrds,Mn) : [9M5 *Tds,M5 * Tds,M7] (5.2)

which represents the output impedance of a regular cascode structure boosted by

gm,M1o(7“ds,M1o| |7“ds,M11).
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Vmir,p % [i M14

M12
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s VEA,out
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Figure 5.2: Simplified transistor-level schematic of the implemented error-amplifier

With the error amplifier being used as shown in figure 5.1, both the potentials at
the inverting input Vj,, _ and the non-inverting input V;, . exhibit CTAT behaviour.
As the threshold voltage of a MOSFET has a negative TC as well, Vi,; is expected
to show only little variation with temperature. Simulations prove that the variation
of Vi is indeed only 40 mV for temperatures between —20° C and 85° C for typical
corner. This motivates and justifies resistor Ry,; as a tail current source.

With M, and M; operating in weak-inversion, their transconductance g,, equals
{zDT; (ref. equation 2.27) and is therefore directly proportional to their drain-to-source
current Ipg = I“Q“'l. Hence, gmam1 = gmmo and Ij,; determines the Unity-Gain-
Bandwidth (UGBW) of the OTA to

9m, M1 Itail
UGBW, = : = 5.3
or4 C’OTA,out 2- nVT ' COTA,out ( )

with Coracue being the effective output capacitance of the OTA.

The specifications for the LDO outlined in table 4.1 do not allow for a precise deter-
mination of the OTA’s UGBW. Instead, a qualitative analysis for the Gain-Bandwidth
(GBW) of the error amplifier and its influence on the intrinsic PSR of the overall LDO
has been conducted (ref. chapter 4.6a) to determine a reasonable value for the tail cur-
rent. With the intrinsic PSR being proportional to the inverse of the error amplifier’s
open-loop gain, I;,; shapes the frequency response of the intrinsic PSR. Consequently,
a lower current [, shifts the 3dB PSR cutoff point to lower frequencies.
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As illustrated in figure 4.6a, for an LDO utilizing an NMOS pass transistor the
extrinsic PSR is typically dominating over the intrinsic PSR at low frequencies. To
maintain this relationship for frequencies up to 10 kHz, the current I;,; must be chosen
large enough to ensure an adequate bandwidth for the intrinsic PSR. To find such a
reasonable current for I,,; simulations have been conducted for the LDO in closed-
loop configuration and for the worst case PSR operating condition, namely minimum
supply voltage of 1.2V and no load current at the output.

The current [, relies solely on the voltage at node V,uy. As Vi follows directly
the threshold voltage shift introduced by process and temperature, these influences
need to be taken into account as well for a robust error amplifier design. The SSG
corner (slow NMOS, slow PMOS) at 85°C represents the worst-case PSR corner as
it minimizes equation 5.3 by minimizing I;,; due to a higher threshold voltage of M;
and an increased Ry,; for this particular corner as well as a maximized Vi at highest
temperature.

Figure 5.3 illustrates the PSR composition for R;,; being sized to set [ to ap-
proximately 150nA at typical corner and 27°C. Alongside the PSR curves at typical
corner and ambient temperature in figure 5.3a, it features also intrinsic, extrinsic and
system PSR for the SSG corner at 85°C in figure 5.3b. With g,;; having the smallest
value for this corner, the lower UGBW of the error amplifier results in a slightly lower
bandwidth for the intrinsic PSR. But even more striking is the approximately 20 dB
lower extrinsic and intrinsic PSR performance in figure 5.3b which outlines that there
is no further margin for the R;,; to be increased further.
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% 100 | \\ - % 100 =-==---- - .
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= 80 ~ = 80+ g
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= System PSR S = System PSR \*.,’
90 | |- = = -Intrinsic PSR "~/ 90 | |- = = Intrinsic PSR N/
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0 \ ‘ 0 | .
10" 10° 10" 10°
Frequency in Hz Frequency in Hz
(a) TT corner at 27°C (b) SSG corner at 85°C

Figure 5.3: Power Supply Rejection composition for different process corners with the
tail current set to 150nA for typical corner at 27°C

Normally, an error amplifier as implemented in figure 5.2 constitutes a one pole
system as it features only one amplifying node. However, the open-loop transfer func-
tion for typical corner at 27 °C illustrated in figure 5.4 shows two poles before the unity
gain frequency: Besides the dominant pole wy; at the high ohmic OTA output node
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another pole originating at the source follower output of the error amplifier is present.
The output of the error amplifier has to drive capacitive load of the pass transistor
Cpass- Together with the output impedance of a source follower this non-dominant
pole can be expressed as

1 9m,M15
= = = . 5.4
“r2 Rout,cd . Opass Opass ( )

The transconductance gy, a5 is directly proportional to the biasing current set
by transistor M. This transistor is sized to deliver about 10nA at typical corner
resulting in a rather low gy, as15. Together with the comparably large gate capacitance
Class, this causes wyy to be placed at a frequency of about one decade below the unity
gain frequency.

dB

Magnitude in

200 T T T T T T T T T rrrror T T T T T T T T T T T T T

100

0L

Phase (deg)

_100 Lo Lol R Lol Lo Lol R R
100 102 104 106 108

Frequency in Hz

Figure 5.4: Open-Loop Gain and Phase of the error amplifier shown in figure 5.2 at 27
°C for typical corner with dashed lines indicating spread for other corners, simulation
conducted at Vpp =12V and I, = 0A

This causes the error amplifier under this load condition constituted by the NMOS
pass transistor to have a negative phase margin at its unity gain frequency. Therefore,
compensation is necessary and discussed in chapter 5.1.5 where Stability analysis is
conducted by taking the Loop-Gain of the whole system into account.
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5.1.2 LDO Output Stage and Feedback Resistor Network

Figure 5.5 illustrates the output stage of the LDO together with the implementation
of the CTAT voltage generation path.

VEA,out o—4

,,,,,,,,,,,

,,,,,,,,,,,

Figure 5.5: Schematic extract featuring the output stage and the biasing implementa-
tion for the pnp BJT

From equation 4.3 the following system of equations similar to equation 4.1 and
4.2 can be obtained:

1 _,_( Ri1Ro + R3) . RLP \ Vorar

R1+R !
(1) A L (55)
Ri+R> T
RlRQ 1 A RQ A |
11 14+ (5——F=+Rs) - — |-V + —V =800mV (5.6
(I1) ( (R1 R 3) Rp> prar + g Vorar m (5.6)

The voltage Vprar is equal to the offset voltage of the error amplifier specified
in equation 5.1. Therefore, R, directly specifies the current Ir3 supplied by the pass
transistor Mp,ss. According to equation 5.1, Vprar is approximately equal to 70 mV at
ambient temperature. Igs is set to 60nA which corresponds to a resistor value for Rz,
of 1.17 Mf). Scaling the current Ig3 further down is in principle possible, but it comes
at the cost of increased resistive values which occupy more chip area. Additionally,
drawing some current from M,.s, even under zero load condition at the LDO output
increases the pass transistor’s g, and therefore shifts its non-dominant pole to higher
frequencies which simplifies compensation. Consequently, the current through I3 has
been maintained at 60 nA.

The choice of R, reduces the number of unknown for the equation system outlined
by equations 4.1 and 4.2 from four to three (R, Ry and R3). Rs allows scaling Vprar
without lifting the common-mode voltage of the error amplifier above Vzg which is

35



CHAPTER 5. CIRCUIT IMPLEMENTATION AND VERIFICATION

essential for the whole circuit to operate as intended. Hand calculations using the
derived CTAT formulas from chapter 2.2.1 as well as equation 5.1 for Vprar(T) yield
a solution with all resistances between 1 M(2 and 6 MS2.

These calculated values for R; to R3 and R, serve as initial reference values for
sizing the current [y,s: According to figure 5.5, Iy, in figure 5.1 is implemented
by transistors Mjs and M;; sharing their gate connections with M; and M; from
the error amplifier (ref. figure 5.2). By sizing Mg and M;; twice as wide as their
counterparts, I, is effectively a replica of the tail current I;,; = 150nA from the
OTA. This current results in a typical emitter current I of 100 nA which is multiple
times higher than the minimum emitter current density of the pnp transistor rated
at typical corner and ambient temperature for the used technology. Due to the high
temperature dependence of the reverse saturation current /g outlined in equation 2.15,
this minimum emitter current is likely increasing for low temperatures. Therefore, the
impact of I, on Vg has been investigated. Figure 5.6 provides a comparison of the
Vg curves over temperature for all corners at two different biasing currents. Figure
5.6a shows the desired stable CTAT behaviour for all corners.

In contrast, by downscaling [;,,s to approximately % the Vg curves exhibit
strong nonlinear behaviour for low temperatures as shown in figure 5.6b. In particular,
the Vgg breaks down for the SSG and SF corner and temperatures near —20°C.
This might be an indication for I;,, = % being too low to provide the required
minimum emitter current for low temperature corners. Consequently, this renders I,
which is approximately 145 nA for typical corner as a reasonable value for Iy;,s without
compromising robustness in an ultra-low power context.

—TT
——FFG
SSG
& - --.FS &
£ -
o )
> >
-20 0 20 40 60 80 -20
Temperature in °C Temperature in °C
(a) Ibias = Itail (used) (b) Ibias = %

Figure 5.6: Temperature dependence of base-emitter voltage Vg for all process corners
at two bias currents

As Vig is dependent on its collector current (ref. 2.17), precise values for resistors
Ry to R3 can only be obtained when current Iy, is specified. Therefore, simulations
have been conducted to fine-tune the initial values for Ry to R3 and R,. Moreover,
the resistors were realized by arranging unit resistors in series and parallel which has
resulted in the resistor values summarized in table 5.1:
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Rl RZ R3 Rp
2.695 M€ | 5.165 MQ) | 2.855 M2 | 1.123 M(2

Table 5.1: Final precisely determined feedback resistance values

The NMOS pass transistor has been sized with a width of 30 um and a length of
150nm. This comparably large %—ratio has been chosen to relax the output voltage
swing for the error amplifier and provide some margin for the LDO’s current driving
capability.

Now that the resistors and the OTA are well-defined, the temperature compensa-
tion is complete. Figure 5.7 illustrates the resulting output voltage as a function of
temperature at a supply voltage of 1.2V and no load current drawn from the output

of the LDO for all corners.

0.802 -
/
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Figure 5.7: LDO output voltage in dependence of temperature for different corners

The graphs are indicating first-order temperature compensated curves for the TT,
SF and F'S corner with only slight offset shifts around the desired 800 mV. In contrast,
the output voltage curves from the FFG and SSG corner are varying about 3mV in
the temperature range from —20°C and 85°C. This is a systematic effect introduced
by how the corner simulation handles resistors: While TT, FS, and SF corner assume
typical resistor values, for FFG smaller and for SSG higher resistive values are used.

5.1.3 Reference System

Besides the low-ohmic 800 mV output of the LDO, two additional reference voltages
of Vrgrp1 = 200mV and Vgzgro = 400mV need to be provided. As Vrgr1 and Vegps
are not loaded, a simple resistive divider is sufficient to obtain these reference voltages
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from Vipo out-
The current reference Irpr of 6.4nA is generated by an OpAmp-based voltage-to-
current conversion as illustrated in figure 5.8.

VLDO,out © * *

VRE F2

——o[" M My " b

VerEF1

M2(iE] [ M

Figure 5.8: Transistor-level schematic of reference system

In fact, this implementation constitutes a low-cost LDO structure with a constant
resistive load of Ryg determining the reference current Izrgr. The error amplifier is
implemented as a simple differential stage OTA with PMOS input pair biased with
about 7nA. With a feedback loop from node Vi to the inverting input of the OTA,
the gate of My, is controlled to maintain Vo = Vgeri. Hence, Ry is sized to obtain

a current of
VrEF1

Ry

Consequently, the current reference evaluated at the highlighted point in figure

Inpr = < 6.4nA. (5.7)

5.8 constitutes a temperature compensated current reference only susceptible to pro-
cess spread of resistor Rjy and offset of the LDO. With additional mismatch being
introduced by mirroring this current to the subsequent circuits, R has likely to be
implemented as a trim to provide the required DC accuracy of +20% as outlined in
table 4.2.

The capacitance C, ensures a phase margin of at least 60° for the introduced
feedback loop and all corners each evaluated at —20°C, 27°C and 85°C.

5.1.4 Startup-Circuit

The whole implemented circuit does not rely on any external current or voltage ref-
erence, as its aim is to provide both. For this reason, no current flowing through any
branch constitutes a valid, trivial operating point. Therefore, a startup-circuit has to
be implemented that avoids this trivial operating point by observing the circuit’s state
and pushing the circuit eventually into the right operating point.

38



CHAPTER 5. CIRCUIT IMPLEMENTATION AND VERIFICATION

Moreover, two enable signals (EN _Ido and its inverted signal EN _[do) are provided
to ensure a deterministic circuit condition before start-up. These two signals are used
to force certain intermediate circuit nodes to either Vpp or Vgg to limit unintended
current initiated by floating nodes when the LDO is supposed to be disabled. This
ultimately allows the LDO to be fully turned off with the digital signal EN _ldo being
at logic-0. Consequently, Viirn, Vs and Vipo ou are pulled down to Vgg whereas Vi
is pulled up to Vpp during power-down.

The actual start-up mechanism is implemented at node V, of the BJT biasing
circuit (ref. figure 5.5). Therefore, figure 5.9 illustrates this part of the whole circuit
again together with the highlighted start-up circuit.

EN ldo 4| Moy
Mg
[bias

EN _bjt

EN bjt 4|~ Mas

Moy ]

VLDO,out —' M27

Figure 5.9: Highlighted transistor-level implementation of the startup-circuit included
at the BJT-biasing path

The idea is to incorporate an additional current path whenever EN _ldo is logic-1
and Vipo,out has not settled at its desired operating point. Accordingly, V; has to be
pulled up to Vpp based on an AN D condition (EN ldo A EN _bjt) with EN _bjt being
a signal indicating that Vipo o is sufficiently smaller than 800 mV. By taking the
inverse signals (EN _ldo and EN _bjt) the desired function can likewise be implemented
with an equivalent NOR pull-up network composed of transistors My, and Mys as
illustrated in figure 5.9.

With both EN_ldo and EN _bjt at low potential, V; is pulled up to Vpp which
injects a large current at node V, that drives the non-inverting input of the error-
amplifier to a higher voltage level. This causes V;,; in figure 5.2 to follow and generate
a tail current leading the circuit to find its correct operating point.

The control signal EN _bjt is generated with two cascaded inverters. With V;, DO, out
serving as the input of the first inverter, the LDO output voltage is constantly moni-
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tored at the gate of My;. With a steady-stage voltage of 800mV for Vipo ot & naive
implementation for this first inverter would result in a substantial cross-current at the
operating point. Therefore, instead of a PMOS transistor, a leaking NMOS transistor
(M) as a current source is being used as a pull-up, which constitutes a common con-
cept in ultra-low power design ([37, 38]). As transistor Mys is connected to its source,
it has to be sized with a high %—ratio to enhance its leaking property. Moreover, its
backgate terminal connection plays a vital role for the characteristic of the inverter
as well: With the backgate connected either to Vpp or Vsg, very low static leakage
current and good driving strength for the NMOS leaking transistor cannot be achieved
at the same time. For Vpp at the backgate the leakage current is too high and for Vgg
NMOS transistor Myg would be too weak to pull the output fully to Vpp as shown in
figure 5.10a.

> 1o} > Lo}
) )
g g
= 1 Vpp = 1.8V = 1 Vpp = 1.8V
= Vpp = 1.2V 2 Vpp = 1.2V
+ +
s 3
205 205
= i
o ©)
0 - ‘ 0
0 0.5 1 0 0.5 1
Input Voltage in V Input Voltage in V
(a) backgate connected to Vgg (b) backgate connected to gate (used)

Figure 5.10: Startup-Inverter characteristics depending on backgate biasing of Mag
for all edge temperature corners and both extremes of the supply voltage (1.2'V and
1.8V)

In contrast, connecting the backgate of Myg to its source features a similar blocking
current behaviour as with the backgate connected to Vgg, but combined with a good
driving strength to pull up £ N _bjt once My, opens, similar to a backgate connection to
Vpp. This results in an overall ideal inverter characteristic with a switching threshold
in between 350 mV and 450 mV across PVT as indicated by figure 5.10b. This results
in a static leakage current of 17nA at Vipo our = 800 mV for the worst case condition
of FFG corner and highest temperature. In comparison, a backgate connection at Vpp
which in principle obeys a similar inverter transfer characteristic as the one shown in
figure 5.10b, would result in an unacceptably high worst-case static leakage current of
805 nA.

A well-shaped inverter transfer characteristic is indispensable to pull down EN _bjt
and therefore enable a robust settling of the desired DC-operating point at 800 mV.
But it still needs to be verified that this is the only valid operating point. This has
been done in simulation by opening the loop at node V;po .t and attaching a voltage
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source with configured DC-sweep from 0V to 1.8V at the terminal of R (ref. figure
5.1). By running a DC operating point simulation with this configured sweep, all
the intersection points between the linear sweep graph and the voltage at Vipo out
constitute valid operating points.

For the implemented LDO without any startup-circuit this results besides the de-
sired operating point at 800 mV in a few additional operating points for some corners
as shown in figure 5.11a. In contrast, with the startup-mechanism from figure 5.9 be-

ing attached Vipo our = 800mV is made the only valid operating point as illustrated
in figure 5.11b.

7 | /
o0eC @ 0eC
27°C 157 (17 27°C
- 85°C —85°C

V;weep _ Vi@weep
@ Op. Point ] Op. Point
>
0.5+
‘ ‘ ‘ 0 , , ,
0 0.5 1 1.5 0 0.5 1 1.5
Vsweep in 'V Vsweep in 'V
(a) without startup-circuit (b) with startup-circuit

Figure 5.11: DC Operating Point Sweep for all corners and temperatures of Vi,po ou
(graphs labeled according their temperatures) in open-loop configuration to find all
valid DC-operating points; simulated for Vpp = 1.8V and I, = 0A and with an
additional resistive load of 5.75 M2 attached at Vipo out

5.1.5 Compensation

With all circuit blocks of figure 5.1 being introduced, stability of the closed-loop sys-
tem can be examined. Compared to the open-loop gain curve of the error amplifier
illustrated in figure 5.4, yet another pole is added at the LDO source follower output
stage. Consequently, the loop gain of the whole system involves three stages with each
stage contributing a pole determined by the output resistance of each stage and the
respective input capacitance of the following stage. Therefore, figure 5.12 depicts the
small signal equivalent circuit of the loop gain which enables to specify the location of
the poles.

The dominant pole w,; can be found at the output of the OTA. The other two
non-dominant poles wyy and wpy3 originate at the output of two sourcefollowers which
have an output resistance equal to gim. As the transconductance of the pass transistor
M,,ss 1s significantly larger than the sourcefollower’s transconductance of the error
amplifier (Mi5), the output resistance of stage 2 is significantly larger than the output
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Figure 5.12: Loop-Gain composition indicating three stages and its corresponding
small signal equivalent circuit including parallel compensation at the output of the

OTA

resistance of stage 3. At the same time the typical load capacitance is specified to be
1 pF and is therefore significantly larger than Cpuss (Cpass << Cr). This causes wpy
and w3 to lie approximately at the same frequency. Extracting exact values for these
parameters from simulation allows to calculate the pole frequencies:

gm2 9m3
= ~ 1.5 kHz: ~ =1.1MHz and ~
Wp1 271‘7“101 Z; Wp2 27‘{'017&58 Z 11 Wp3 o N

= 760 kHz

(5.8)
Thus, wyy and w3 form a double pole at around 1 MHz which results in a highly

negative phase margin at the unity-gain frequency of 2.2 MHz.

Parallel compensation has been chosen to establish a 60° phase margin for typical
corner and ambient temperature. This compensation technique adds a resistor in
series with a capacitor at the circuit node of the dominant pole as highlighted in figure
5.12. This adds two poles (wpc1 and wye2) and two zeros (w, . and w, o) that are
approximately located at [39]:

1 1 d 1 1 (5.9)
Wpel = 5 -~ W2 = 55 all Weel = 5 ) Wze2 = .
pocl 27T7“10¢ pic2 27chcl ool 27TT161 o2 2’/TRCCC
By sizing Rc and C, according to
1
R.-C.= — .Cp (5.10)
9ms3

the two poles at the lowest frequencies, namely w,; and w3, are canceled by the
two introduced zeros w, . and w, . (ref. equation 5.9). This is further lowering the
dominant pole wy . and placing w, . at a significantly higher frequency compared
to wps. Therefore, parallel compensation is essentially lowering the frequency of the
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dominant pole while shifting another non-dominant pole to higher frequencies. This
pole-splitting allows to compensate the loop gain for a phase margin of 60° at typical
corner and 27 °C temperature as illustrated in figure 5.13. This has been conducted
with no load current at the LDO output as this constitutes the worst case for com-
pensation.

100

Uncompensated
Compensated

90 -

Magnitude in dB

200 R RE T T T T rorTrrrT T ! ““|“‘\

0-

Phase (deg)

-100

_200 Lo Lol Lo Lol LG R [ D, R
100 102 104 106 108

Frequency in Hz

Figure 5.13: Loop Gain and Phase illustrating compensation for typical corner with
no load current drawn at the LDO output
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5.2 Circuit Verification

This chapter provides a rigorous evaluation of the LDQO’s performance and checks it
against the outlined specifications in table 4.1.

5.2.1 DC-Analyses

First of all, the LDO’s output voltage accuracy and its ability to maintain regulation
under changes in load current and supply voltage are evaluated. The load current and
supply voltage define the LDQO’s operating point. This section therefore characterizes
the LDO’s DC performance over the specified range for Vpp and I (ref. table 4.1)
whereas in the following sections only the edge cases are evaluated. (Vpp = 1.2V and
1.8V each with a load current of 0A and 2 pA).

Line Regulation

Table 5.2 and 5.3 show the line-regulation for both extreme load conditions and for
different temperatures. The values are averaged over the specified Vpp-range according
to common practice [40]:

VLDO,outmax - VLDO,outmin

(5.11)

Line Regulation =
VDD,maac - VDD,min

Temperature MIN TYP MAX
—20°C" | 0.010%F | 0.0122 | 0.017%F
27°C 0.0317F | 0.03475 | 0.041%F
85°C 0.33%° | 0.36% | 0.447F

Table 5.2: Line-Regulation for I, = 0A over PVT

Temperature MIN TYP MAX
—20°C" | 0.008075 | 0.0117" | 0.016™2F
27°C 0.0307 | 0.033% | 0.04075°
85°C 0.32%F | 0.36%F | 0.447F

Table 5.3: Line-Regulation for Iy = 2uA over PVT

It can be observed that the line-regulation is load-independent. Furthermore, it
degrades significantly for higher temperatures, in particular from 27°C to 85°C it
increases by a factor of 10. This discrepancy is due to the decreased loop-gain at high
temperatures.

In addition to the line-regulation values in table 5.2 and 5.3, which have been
evaluated for a Vpp sweep from 1.2V to 1.8V, the minimum possible supply voltage
can be extracted by expanding the sweep range to lower voltages. Therefore, figure
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5.14 illustrates the output voltage Vi po out for all corners and temperatures depending
on the supply voltage Vpp at no load. Accordingly, at nearly 1V for Vpp the output
voltage is already settled for all temperatures and corners within the specifications

in table 4.1 as illustrated in figure 5.14. This is about 200mV before the minimum
supply voltage of 1.2'V.

\
0.8 ot

o
o

VLDO,out in V
o
e

e
b

0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8

Figure 5.14: Supply voltage-dependent output voltage Vipoewt at no output load
current for all corners highlighting robust settling of the DC-operating point

Load Regulation

Load Regulation is likewise calculated in an averaged manner [40]:

. V10O, outmaz — VLDO outmi
Load Regulation = ouTmar ouTmem

5.12
[L,mam - ]Lmin ( )

with I1, maee = 2 A and I, = 0 A according to the specification from table 4.1. The
resulting values over PV'T are again summarized in table 5.15 and 5.16:

Temperature MIN TYP MAX
—20°C' 0.049%—3 0.192—; 0.90%
27°C 1.6;;74 2.1% 5.0%
85°C 37 48m¥ | 132k

Figure 5.15: Load-Regulation for Vpp = 1.2V over PVT
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Temperature MIN TYP MAX
—20°C" | 0.0922% | 0.152% | 0.372%
27°C 2.0 | 2420 | 567
85°C 39m% | 50.32% | 14270

Figure 5.16: Load-Regulation for Vpp = 1.8V over PVT

The trends are equal for both supply voltages and again a drastic degradation
from 27°C' to 85°C' is present. As discussed in chapter 2.1.1, load regulation is nothing
more than the DC value of the closed loop output impedance of the LDO. As R,
is proportional to gﬂ%ax (ref. equation 2.1), besides the open loop gain of the error
amplifier also the transconductance of the pass transistor plays a vital role. As the
the pass-transistor stays throughout its whole regulating region in weak-inversion,
its g, is directly proportional to current and % This causes a comparably high
output impedance under low-load condition and at high temperatures which ultimately
explains the high resulting load-regulation numbers in Table 5.15 and 5.16. Therefore,
the metric of load-regulation is only meaningful for comparing different LDO designs
sharing similar output current ranges, as otherwise the high output impedance in the
low current region is dominating the overall load regulation metric.

Similar to line-regulation, all simulations for load regulation have been conducted
for the current specification range from 0 A to 2 uA. Therefore, figure 5.17 shows the
load current dependent output voltage of the LDO up to 500 pA for all corners at 1.2V
supply voltage. Hence, about 160 uA could be sourced by the LDO, but only at the
cost of compromising other design metrics, most notably, a significantly reduced PSR.
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0.74 + 3
———SF 2

| — | | | |
0 100 200 300 400 500
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Figure 5.17: Load current dependent output voltage Vipoout at Vpp = 1.2V for all
corners indicating maximum output current of 160 uA
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Output Voltage Accuracy

First-order temperature compensation has been achieved by optimizing the tempera-
ture dependent output voltage Vipo o for typical corner. This results in the corner
curves illustrated in figure 5.7 that only show a variation of around +2mV around the
desired 800 mV.

To see the full picture that includes besides global process variations local mis-
match, Monte-Carlo simulations for Vipo ..« and the absolute value of its TC as de-
fined with equation 2.23 (without normalization) have been executed. Therefore, figure
5.18 shows exemplary histograms for the distribution of Vi, po ot and its TC under the
given load conditions.
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Figure 5.18: Monte-Carlo sampling (200 samples) for the output voltage Vipoout (at
27°C) and its temperature coefficient (TC) at Vpp = 1.2V and I, = 0A

Moreover, table 5.4 provides an overview of both parameters under the edge con-
ditions regarding Vpp and I:

Vbp I 1 o skew
12V | 0A | 800.4mV | 4.72mV | 83.9-1073
1.8V | 0A | 8004mV | 472mV | 58.2-1073
1.2V | 2pA | 800.4mV | 4.72mV | 54.9-1073
1.8V | 2pA || 800.5mV | 4.82mV | 54.9-1073
12V | 0A || 11.34% | 6.494F 1.12
18V | 0A || 11.44% | 6.864F 1.20
12V | 2pA || 11440 | 64147 1.09
18V | 2puA | 1144 | 6.754Y 1.19

Output Voltage Vipo o @27°C

Temperature Coefficient

Table 5.4: Output Voltage Vipo.ou: and its temperature coefficient at the specified
operating point boundaries

With nearly equal values for all operating points, the output voltage and its TC are
demonstrated to be operating point independent. The 3¢ variation of about 15mV
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around the mean value of 800mV lies comfortably within the +5% range governed
by the specification in table 4.1. In fact, the provided data indicates a strong output
voltage accuracy with a 3o tolerance of around 2% without trimming.

As shown in figure 5.18 and also presented in table 5.4, the TC of Vpo out Obeys
a comparably large skew in positive direction. As the TC is calculated by taking the
difference between maximal and minimal voltage divided by the temperature range
(ref. equation 2.23), such a folded normal distribution is plausible.

Current Consumption

Table 5.5 illustrates, how the individual circuit blocks discussed in chapter 5.1 con-
tribute to the overall current consumption for typical corner at 27 °C:

Feedback
v Error Amplifier Resistors and Reference Startup circuit
bp (5.1.1) BJT biasing | System (5.1.3) (5.1.4)
(5.1.2)
1.2V 173nA 207nA 88nA 360pA
1.8V 174nA 207nA 88nA 430pA

Table 5.5: Quiescent current consumption distribution for TT corner at 27°C

The tail current of the OTA is highly process dependent as already discussed in
chapter 5.1.1. As this current is mirrored multiple times in the full design to provide
biasing currents, the quiescent current consumption of the overall system shows a
considerable spread, but is invariant to Vpp as outlined in table 5.6.

Voo | Ip || MIN (SSG @ —20°C) | TYP (TT @ 27°C) | MAX (FFG @ 85°C)
12V [ 0A 337nA 469 nA 693 nA
1.8V |[0A 337nA 469 nA 695 nA

Table 5.6: Quiescent current consumption across PVT

For the SSG corner at —20 °C the threshold voltage of M; is maximized leading to
a minimum potential at node V,,;. Additionally, with Ry,; being maximized for this
corner this results in a lowest current consumption of 337 nA. Conversely, a minimum
threshold voltage and a minimum resistance at the FFG corner and 85 °C maximizes
the whole current consumption to 693nA. Hence, the current specification of 500 nA
(ref. table 4.1) is only fulfilled for typical corner. Meeting the current specification
for all corners is hardly possible without compromising other performance metrics and
robustness of the circuit as specifically discussed in the implementation chapters for
the error amplifier (ref. chapter 5.1.1) and the BJT biasing (ref. chapter 5.1.2).
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Accuracy of Reference system

Besides the accuracy of the LDO output voltage, also the two additional provided
reference voltages need to be verified against the specification of +5% tolerance to
200mV and 400mV. With Vrgri and Vzgpe being derived by a simple resistive
divider from Vi po out (vef. figure 5.8), only mismatch of resistors Rg to Rs can degrade
the performance of the LDO output voltage shown in figure 5.18.

Figure 5.19 therefore illustrates the results of a Monte-Carlo simulation for the
two reference voltage nodes Vgpr1 and Vrgpo: Similar to table 5.4, with a standard
deviation of 1.22mV for Vggp; and 2.42mV for Vrgre, both reference voltages show
a 30 tolerance of +2% regarding its nominal value. This similar spread compared
to Vipo.out has been expected since resistances in CMOS technologies are generally
matching well.

35 I . 40 .
I o 13 I o i | I o I3 I o |
I 1o | o I I | o | o I
300 | | |t | 3L P |+ |
I I I I I I I I
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2 25 [ [ | 3, [ | | [
I I I I I I I I
% I I I I c% 251 I I |
f 200 [ [ | 2 I | | I
S | | | | S 20 I I I I
= 15| I I I I = | | | |
2 | | | I E15l l | |
g I I I I = I I I I
S 100 [ [ [ = 10 I | | I
Z | | | | Z U | | I
I I I I I I I I
5 | | | 50 | | |
I I I I I I I I
0
0.19 0.195 0.2 0.205 0.21 0.38 0.39 0.4 0.41 0.42
Voltage VREF,l inV Voltage VREF,2 inV

Figure 5.19: Monte-Carlo analysis (200 samples) for both reference voltages at 27°C
showing the whole +5% specification range

In contrast, for the current reference distribution the 3o values fall out of the
+20% tolerance given by the specifications in table 4.2 as indicated in figure 5.20.
This variation observed here is solely induced by the process spread of resistor Rjg.
The mismatch of the current mirror My together with its counterpart is adding some
variation on top. Therefore, Ry of the reference system illustrated in figure 5.8 must
be made trimmable.
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Figure 5.20: Monte-Carlo analysis (200 samples) of the reference current (/,.r), show-
ing it does not stay within the £20% tolerance around 6.4nA

5.2.2 AC-Analyses

This section involves the PSR validations of the LDO as well as an evaluation of the
LDO’s robustness under capacitive loading.

PSR

Figures 5.21 and 5.22 show the power supply gain for minimum and maximum supply
voltage and under both load conditions of 0 A and 2 A according to specification (ref.
table 4.1). Each plot shows curves for all five corners (TT, FFG, SSG, FS and SF)
each simulated for three temperatures (—20°C, 27°C and 85°C). Accordingly, the
LDO meets for every operating point condition and temperature the required 60 dB
of PSR at a frequency of 10 kHz.

0r 20

=20 +

-40 +

-60

Magnitude in dB
Magnitude in dB

80 y

‘ -100 -
10° 10° 10° 10°
Frequency in Hz Frequency in Hz

(a) I =0A (b) I, =2pA

Figure 5.21: Power Supply Gain at Vpp = 1.2V for both load conditions and all
corners
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Figure 5.22: Power Supply Gain at Vpp = 1.8V for both load conditions and all
corners

DC-PSR for Vpp = 1.8V is about 10dB higher compared to Vpp = 1.2V, which
is due to more voltage headroom for the error amplifier at higher supply voltages. The
spread of the DC-PSR of around 30dB to 35dB can be explained by the temperature
dependent loop-gain. Therefore, the curves roughly separate into three groups, as seen
in particular in figure 5.22: With minimal leakage and maximal open-loop gain the
curves at —20 °C provide the highest DC PSR. In contrast, the curves at 85 °C indicate
weakest PSR due to highest leakage and lowest open-loop gain of the error amplifier.

Phase Margin

The LDO has been compensated for an estimated typical load capacitance of 1pF.
As the output load capacitance C'f, sets a non-dominant pole according to equation
5.8, this pole is shifted to even higher frequencies for smaller output capacitances.
Therefore, the implemented LDO is operating stable even without any load capacitance
at the output.

This trend is illustrated in figure 5.23, which plots phase margin versus load ca-
pacitance for the worst-case FFG and typical corner. Starting at around 85°C phase
margin at no load capacitance, the phase margin decreases with load capacitance, as
the non-dominant pole is shifted in the direction of the dominant pole. While figure
5.23 shows the LDO is stable across all capacitive loads, this must be considered during
silicon characterization to avoid performance degradation from measurement probes.
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T T T
) —o6— TT-corner @ 27 °C
q —o6— FFG-corner @ -20 °C
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Figure 5.23: Phase margin depending on the output load capacitance C', for typical
and worst-case FFG-corner indicating a capless LDO design

5.2.3 Transient Simulations

Finally, the whole system is been verified in the time domain as well. Therefore, the
startup-circuit is being evaluated as well as the system’s response to an load step.

Startup-Behaviour

Figure 5.24a shows the startup-process:

2 1.2 -

1k

0.8}

0.6 |

0.4+

Output Voltage in V
Output Voltage in V

0.2+

0
VLDo,out ——SF

-0.5 : : : : : : : 0.2L : : : : : : .
0 5 10 15 20 25 30 35 20 21 22 23 24 25 26 27

Time in ps Time in ps

(a) Full view (b) Zoomed-in view

Figure 5.24: Startup-Behaviour of output voltage Vipo ou for all corners (each simu-
lated for —20°C, 27°C and 85°C) at Vpp = 1.8V and I}, = 0A

The voltage is ramped up from 0V to 1.8V, but the LDO remains switched off
until 20 us with EN_LDO at low potential as desired. After toggling EN_LDO at
20 ps the steady state output voltage of 800mV is reached for all corners after 7 us at
the latest. The zoomed-in view in figure 5.24b indicates the slow NMOS corners to
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have the slowest startup-behaviour. In particular, the SSG corner at —20°C shows
slowest transient performance due to the highest threshold voltage of NMOS Myg that
highly compromises its required leakage current to pull-up the output node of this first
inverter of the startup circuit (ref. figure 5.9).

Moreover, figure 5.24b indicates that the startup occurs in two stages: First,
ViD0,out slowly ramps up to around 360 mV to 460 mV, followed by a sharp rise, that
ultimately causes an output voltage overshoot of about 260 mV in some corners. This
delay for the second pulse stems from the active cascodes initially blocking current
to flow through Mg and My (ref. figure 5.2). Therefore, during the first phase, node
Vimirp, Which is precharged to Vpp before startup, discharges through M, and M.
As Vi falls, the biasing network for the active-cascodes is activated. Consequently,
Veasp and Vg2 are pulled down, which triggers a sharp increase at the OTA output
that is propagating to the Vipo ou as illustrated in figure 5.24b.

Transient Load Step

Next, the LDO’s transient response to a worst-case load step from 0A to 2 uA is
investigated. Figure 5.25 illustrates the response to positive and negative load steps
between 0 A and 2 pA, with 500 ns rise and fall times for all corners. The output
voltage Vipoout settles to its steady state for both positive and negative load steps
across all corners, with no significant over- or undershoot.
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Figure 5.25: Transient Load Step at Vpp = 1.2V from I, = 0A to I, = 2 uA with a
rising time of 500 ns
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Figure 5.26: Zoomed-in views for the fastest FFG corner and the slowest SSG corner
for both load steps illustrated in figure 5.25

Figures 5.26a and 5.26b depict zoomed-in graphs for the fastest settling FFG corner
and the slowest settling SSG corner for these two transient events. Additionally, trrg
and tgg¢ indicate the point in time at which the voltage has settled within 1% of its
respective steady-state value. Accordingly, the voltage settles within 560 ns — 1.59 us
for a positive output current step and within 780 ns — 1.42 us for a negative load step.
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5.3 Layout

This chapter provides a brief overview of the full layout implemented in 22nm FDSOI
of the LDO and reference system. Starting with general layout considerations and
floorplanning, a netlist including layout-induced parasitics has been extracted to obtain
and discuss first post-layout simulations.

5.3.1 Layout Considerations

The schematics described in chapter 5.1 are simplified, as they assume perfect match-
ing among the individual components and disregard their physical implementation.
Therefore, the following aspects have been considered prior to layout:

e For best matching, My and M (ref. chapter 5.2) have been implemented utilizing
series and parallel combinations of one unit transistor My, rather than single
transistors with different sizing. Therefore, M, has been implemented as nine
My, devices in parallel, and M; as three times three parallel My, units connected
in series. This arrangement ensures that M, and M; use the same number of
unit transistor My, while My’s effective ¥ is nine times higher than M;’s, as

L
intended.

e As the output voltage depends heavily on precise resistor ratios, a similar ap-
proach has been used for the resistors as well: The same unit polysilicon resistor
has been used in series to approximately reach the desired resistance value while
additional parallel combinations of this unit resistance can be used to fine tune
the total resistance value.

e Additionally, dummy resistors and transistors are included to create an equal
physical environment around critical elements in layout.

As all of these aspects constitute layout-aware schematic design, they have already
been implicitly taken into account in the pre-layout simulation results from the previ-
ous circuit verification chapter.

5.3.2 Floorplanning

Figure 5.27 illustrates the floorplan of the whole circuit which occupies an area of
55 pm times 36pm. The corresponding blocks have been arranged to minimize routing
interconnections. Additionally, blocks that rely on external signals or provide signals
externally have been placed at the edge. In particular, for the NMOS pass transistor
this has been deemed essential, as the LDO output is meant to constitute one physical
output port for lab characterization. Therefore, placing M,qss at the edge allows to
reduce the parasitic series resistance to the output pin which is important to obtain
accurate post-silicon verification results for the LDO. Also the enable-switches as well
as the startup-circuit have been placed in the outermost corner to locally separate the
digital blocks from analog and thereby avoid routing digital signals over analog blocks.
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With M, and M; each implemented as nine transistors, the input differential pair
is arranged in a three times six array with an additional row of dummy transistors at
both the top and bottom as well as on both sides of each transistor. The individual
transistors corresponding to M, and M; are interdigitated in a chessboard pattern
which results in horizontal and vertical process gradients to be similarly shared between
My and M; on average.

The PMOS and NMOS current mirrors are matching critical as well and are there-
fore likewise surrounded by dummies and arranged in a common centroid manner.

With about 69 MS2 of implemented resistances in total, the whole resistance area
occupies over one third of the whole design. Given an OTA bias in the single-digit

nA-range and by generating the reference current of 6.4nA, the reference system by

][]

itself employs already 52 M( of resistance.

36 pm

55 pm

Figure 5.27: Floorplan of the LDO including the reference system in 22nm FDSOI
technology

5.3.3 Post-Layout PSR

After completing the full layout, an extracted netlist including parasitic capacitances
and resistances has been generated to validate the circuit’s post-layout performance.
As it is not expected that DC-metrics are significantly compromised by layout para-
sitics, the PSR is directly evaluated and compared against its pre-layout performance.
Therefore, figure 5.28 illustrates both the post and pre-layout power supply gain for
typical corner at Vpp = 1.2V and I, = 0A.
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Figure 5.28: Comparison of power supply gain between post and pre-layout simulation
(each for TT corner at 27°C, Vpp = 1.2V and I}, = 0A) indicating weaker PSR

While their DC values are overlapping, figure 5.28 indicates a significantly shrinked
PSR bandwidth in post-layout simulation. As highlighted, PSR bandwidth falls from
approximately wpsg pre = 1.7kHz to wpsp post = 447H z. This drop of more than half a
decade ultimately results in the PSR for typical corner to be already marginally outside
the specification limits. This reveals significant PSR sensitivity to layout parasitics,
motivating a second layout iteration to fix this issue. However, this is beyond the
current scope and therefore left for future work.

5.4 Performance comparison

Finally, the pre and post-layout simulation performances can be compared to State-of-
the-art implementations. Therefore, the four implementations from table 3.2 providing
the highest FoM values are revisited in table 5.4 to compare with the proposed design.

As previously anticipated, the DC-metrics of the LDO are not significantly affected
by layout. Accordingly, this design shows a superior TC compared to the other imple-
mentations, albeit evaluated over a more restricted temperature range. Additionally,
thanks to its high DC-PSR, line-regulation performs also substantially better relative
to the others. In contrast, load regulation is modestly below average which can be
attributed to the narrow load-current range as discussed in chapter 5.2.1.

Furthermore, a superior current efficiency for providing PSR is reflected by the
highest number for the FoM which is more than ten times higher compared to [24]. This
does not imply that the other circuit implementations automatically exhibit weaker
PSR for their quiescent currents, but rather that for the given current specification
of 0 A to 2 uA the proposed LDOs performs superior in terms of current efficiency to
provide a certain PSR.
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Unit 2019: Eberlein | 2022: Yang et 2024: Luo et 2025: Bansal et This work: This work:
ni
et al. [33] al. [32] al. [24] al. [29] Pre-Layout Post-Layout
LDO with LDO with LDO with LDO with
i
Structure - embedded BJT | embedded BJT v embedded BJT LDO with embedded BJT VR
embedded CVR
VR VR VR
Pass
) - PMOS PMOS PMOS PMOS NMOS
transistor type
Technology - 16nm FinFET 180nm 180nm 65nm 22 nm FDSOI
Vin A% >1.05 1.68-2 0.7-1.8 0.8-1.2 1.2-1.8
Vout \Y 0.9 1.19 0.436 0.608 0.8
max. Lipaqg mA - 5 1 10 0.002
i t
dueseen LA 125 0.21 0.01 0.301 0.469 0.473
current I
t t
CHHpEratire °C ~40-125 ~40-125 -20-140 ~40-120 -20-85
range
TC ppm/°C 43 0.7 33@ 1 = 1pA 26.2 5.9 6.1
line regulation | mV/V 0.63 10 0.77 3.925 0.033 0.045
load
et mV/mA - 1.53 - 0.12 2.09 2.45
regulation
PSR (@10 ~ 17(Q high
B ~5H9(TT ~23(Ql;, = 1pA)| =~ ) 2
KH2) d 59(TT) load) 3(QI;, = 1puA)| ~5(measured) 66.7 58
area mm? 0.0044 0.07 - 0.017 - 0.002
@ light load:
FoM Q1pA load:
P‘;R i Hz/A 81010 2.101°; @heavy 1“ 10?3 3.73 - 1010 4.6-10% 1.7-10%
GEW/SQ load: 3.4 - 10"
trimming
) - no no yes yes no no
required

Table 5.7: Comparison of Pre- and Post-Layout simulation results (evaluated at typical corner and 27°C, Vpp = 1.2V and I, = 2uA)

with State-of-the Art implementations




Chapter 6

Conclusion and Outlook

This thesis presents the design and implementation of an LDO including a reference
system intended to be used in an ultra-low power AFE for keyword-spotting. As the
overall system has to be likewise designed for a power consumption in the sub pA-
region, research has focused on sophisticated architectures that incorporate the refer-
ence voltage generation inside the LDO regulation loop instead of standard approaches
that are based on a separate bandgap circuit providing a temperature-compensated
voltage reference for an LDO. After deriving a set of specifications from the system
level context, a sufficiently high current budget allowed to choose a circuit topology
that utilizes BJT's, in particular their base-emitter voltage for a precise CTAT voltage
source. While the most promising state-of-the-art circuit solution for an LDO with
BJT-based VR from literature failed to meet the required DC-voltage specification
of 800mV, an adaptation of this circuit was derived in this thesis which allows to
overcome its limitations, leading to the proposed circuit.

This final circuit implementation of the LDO consists of an error amplifier with
asymmetrical sized input differential pair biased in weak inversion. This incorporates
an intended systematic offset in between the input terminals of the error amplifier
directly proportional to the thermal voltage V7, which obeys a PTAT characteristic.
Using a feedback loop with an NMOS pass transistor and resistors, and setting the
error amplifier’s common-mode voltage with a scaled CTAT voltage Vgg, a tempera-
ture compensated voltage of 800 mV with sufficiently high current driving capability
is achieved. Moreover, two additional voltage references as well as a temperature
compensated reference current are generated based on the LDO output.

The error amplifier has been implemented in the form of a telescopic OTA and a
source follower output stage. Incorporating active PMOS cascodes in the OTA result
in a high PSR of at least 60 dB at 10 kHz across all process and temperature corners
according to specification. This performance has been achieved with a quiescent cur-
rent consumption of only 470 nA at typical corner. With the OTA being biased by a
resistance as a tail current source, current consumption obeys a high PVT variation
from 337nA to 693nA. Reducing the power consumption any further would compro-
mise robustness or the PSR specification of at least 60dB at 10kHz. With a TC of
around 6 ppm/°C the proposed design shows superior temperature stability compared
to state-of-the-art implementations. Furthermore, a conducted Monte-Carlo simula-
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tion for the output voltage accuracy revealed a remarkable 30 tolerance of around
+2% relative to 800mV for this untrimmed design. While the voltage references also
share a similar accuracy, it has been determined that only the current reference must
be made trimmable by a simple resistive trim to meet its specifications.

A first layout iteration in 22nm FDSOI-technology including parasitic extraction
(resistances and capacitances) has been conducted as well. While the DC-performance
metrics are only slightly influenced by layout, PSR bandwidth has been identified to
shrink about more than half a decade. This ultimately causes the PSR specification at
typical corner to be marginally out-of-spec, albeit it has shown a comfortable margin
of about 6 dB in pre-layout simulation. Therefore, first it has to be understood where
this degradation stems from and how it can be resolved in a second layout iteration.
However, this has been left for future work.
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Appendix A

Complete Schematic

Figure A.1 on the following page shows the full schematic of the implemented LDO.
The reference system circuit block has been omitted for the sake of clarity.
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